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SUMMARY
This paper presents a tutorial overview of ContinuousTime Delta-Sigma Modulators (CTDSM); their operating principles to understand what is important intuitively and architectures to achieve higher
conversion eﬃciency and to operate low supply voltage, design methods
against loop stability problem, tuning methods of the bandwidth and so on.
A survey of cutting-edge CMOS implementations is described.
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1.

Introduction

Delta-Sigma modulators are very popular architecture for
digitizing the very small signals, which is widely used from
voice to radio signals [1].
However, conventional modulators adopted switched
capacitor architecture [2]–[4]. Thus the eﬀective bandwidth of the modulator is not enough for a current wireless
communication system required the bandwidth higher than
10 MHz.
On the other hand, the modulator with continuous-time
integrators, which is called as “Continuous-Time DeltaSigma Modulator”, has potential to operating at higher
speed with lower conversion energy [5], [6]. It is the great
advantage for the CTDSM to eliminate the anti-alias filter
because the CTDSM acts as the role in its own. In addition,
the modulator scatters smaller noise due to less switch architecture, which is the very suitable characteristic for wireless
communication systems [7].
Although continuous-time delta-sigma modula tors
have many better characteristics as compared with discretetime modulators, there are a number of practical issues and
trade-oﬀs for practical design [8]–[10].
It consumes much power to achieve high SNDR due to
needs of higher order modulator. Lowering supply voltage
for less power consumption causes larger harmonic distortions [11]–[13]. It needs large and complex filter to achieve
multimode operation.
Moreover, the continuous-time modulator has diﬃculties about circuit design [14].
Especially, instability due to excess loop delay causes
many design cycle re-runs, which is the most significant
problem for circuit designer. In order to address these issues, significant eﬀorts are focused to solve these issues for
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the last decade [15]–[17].
Therefore, in this paper, fundamental theory to understand characteristics of continuous-time delta-sigma modulator, various circuit techniques to realize the high eﬃcient
modulator operating under low supply voltage and design
method taking into account of loop stability problem are
presented.
Section 2 gives a brief fundamental theory of deltasigma modulator, what is important to understand characteristics of the modulator intuitively is detailed. Section 3
surveys several circuit techniques; how to lowering the supply voltage without increase of harmonic distortion, how to
suppress power consumption, how to minimize circuit area
and so on. Section 4 describes the tuning method of the
modulator, which maximizes their performances. Section 5
details concrete design methods: conventional one to use
classic filter theories and one to use more flexible optimization technique taking into account of loop stability. Section 6 sums up the state-of-the-art performance, trends, and
challenges. The readers who are also interested in discrete
time delta sigma modulators (DTDSMs) are recommended
to see another tutorial paper [8].
2.

Fundamentals of Delta-Sigma Modulators

2.1 Basic Characteristics
Figure 1 shows the basic concept of the delta-sigma modulator. The modulator is a kind of filter system for quantization
noise by using a feedback loop.
The modulator is composed of the continuous-time
RC-integrator, the quantizer and the feedback DAC. The integrator amplifies the diﬀerence between analog input signal
and the output of the DAC. The quantizer digitizes the output of the RC-integrator. The digital output codes of the
quantizer are fed back to the input through the DAC.
The left side figure in Fig. 1(b) shows the ratio between the input signal and quantization noise at the output
in Fig. 1(a). At first, the input signal is multiplied by K(ω)
which is the gain of the integrator. Then the quantizer adds
the quantization noise to the amplified signal. The ratio of
the quantization noise is very small because the signal is
multiplied by very large gain of K(ω). Finally, feedback effect suppresses the output signal so that the magnitude of
the output is equal to the input signal. Thus, the magnitude
of the quantization noise is suppressed to about 1/K(ω).
If K(ω) is integral function and the sampling rate is much
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Fig. 1

Conceptual articulation of a delta-sigma modulator.

Fig. 3

Fig. 2

Band-pass delta-sigma modulator.

Quantization noise spectrum of the modulator.

larger than the signal bandwidth, almost of the quantization noise is distributed at higher range of the signal band
as shown in Fig. 2.
If the integrator in Fig. 1 is substituted with resonator,
the shape of the quantization noise is flip vertical of the resonator transfer function. Thus, the quantization noise decreases at resonant frequency of the resonator as shown in
Fig. 3.
This type of the modulator is called as a “Band-Pass
delta-sigma modulator”, which is often used in wireless receivers in order to convert IF signal to digital codes directly
[18]–[22].
Another important point to understand characteristics
of the modulator is that the modulator is a feedback system, which means that the feedback signal coincide with the
input signal with accuracy of 1/K (K is the DC gain of the
K(ω)). This is eﬀective even if the feedback DAC has a large
distortion.
Let’s confirm the eﬀect by the simulation. Figure 4
shows the simulation result of the modulator with nonlinear
DAC.
Even if the DAC in Fig. 4 has a large distortion, ana-

Fig. 4

Simulation results of modulator with large distortion DAC.

log feedback signal (DAC output) has small distortion due
to suppression by the large feed back gain. In contrast, the
digital codes (Quantizer output) have the large distortion in
compensation for better linearity of the analog feedback signal. Therefore, the DAC linearity is one of the most important factors to achieve enough SNDR of the modulator.
Another imperfection of the DAC, which negatively affects the SNDR, is jitter of the DAC pulse. Figure 5 shows
the comparison of settling behaviors between DT and CT
integrator. Even if the sampling jitter exists, the output
of the integrator settles the constant value of Vin ∗ C1/C2,
which is not aﬀected by the jitter. In contrast, the output of
the CT-integrator fluctuates because input DAC pulse power
also fluctuates due to sampling jitter. The variation of the
pulse width (ΔT p ) directly appears at the integrator output
as ΔT p ∗ Iin /C.
As just described DAC characteristics greatly aﬀects
the SNDR of the modulator. Using 1 bit DAC gives us
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Fig. 5

Comparison settling behaviors with sampling jitter.
Fig. 6

the perfect linearity. However, the aﬀection of the jitter
noise becomes the highest because the amplitude of one bit
change is also the highest. In the usual case of the CTDSM,
multi-bit DAC is used to lower the jitter power and dynamic
element matching (DEM) method is used to suppress the
DAC nonlinearity [23], [24].
An alternative to get high SNDR is using 1 bit Switched
Capacitor DAC (SC-DAC) making sampling rate as high as
possible, because SC-DAC greatly reduce the influence of
the jitter [25]. However, it is diﬃcult to realize CTDSM with
high bandwidth suitable for wireless communication systems by using the alternative because it needs much higher
sampling rate as compared with one using multi-bit DAC
with DEM.

Block and operation diagrams of DT-DSM.

Fig. 7

Sources of excess loop delay.

2.2 Eﬀect of Excess Loop Delay
In case of the discrete time delta-sigma modulator (DTDSM as shown in Fig. 6(a)), no excess loop delay is caused
as long as the quantizer latch process settles within the integrate period as shown in Fig. 6(b).
On the other hand, CTDSM has the excess loop delay
that is caused by both the quantizer delay and the excess
phase shift of the integrator as shown in Fig. 7. The excess
delay degrades the loop stability. Even 2nd-order CTDSM
might cause oscillation when the delay is large.
The circuit architecture to compensate the excess loop
delay is described in Sect. 3.
2.3 Design of the Integral Path
On the DSM, the ideal improvement of SNR from NyqistADC is calculated as follows.
q2rms
π2n
=
e2rms
(2n + 1)OS R2n+1

(1)

Here, qrms, erms, and n are in-band quantization noise
of DSM, that of Nyquist-ADC and the order of the integra-

Fig. 8

Ideal SNR improvement of DSM against Nyquist-ADC.

tor, respectively. Figure 8 shows the improvement graphically.
In order to achieve low power CTDSM with high bandwidth, it is inevitable to lower the oversampling rate. It is
obvious that high order integrators greatly help for reducing
oversampling rate with keeping high SNR.
However, high order integrators in DSMs have a loop
stability problem, which cause DMSs to overflow. Taking
into account of the stability problem, practical improvements of SNR are much less than the ideal case as shown
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Table 1

Fig. 9 Practical SNR improvement of DSM (without zeros) against
Nyquist-ADC.

Optimum zero position for each order of integrant.

Inverse Chebyshev filters are suitable for NTF prototype because those filter have zeros in the stop band [28].
Note that the first stage should be an integrator, because
it increases the input equivalent noise to place a resonator at
the first stage. Thus odd order transfer function is suitable
for this type circuit configuration.
The peak gain of the NTF which is called as “Out Band
Gain(OBG)” is a quite significant factor because the OBG
aﬀects not only the loop stability but also the sensitivity of
SNR to clock jitter [29].
Sampling jitter of the DAC causes pulse width errors,
which is modulated by the code shift of the DAC. The amplitude of the code shift is correlated with the OBG. Thus,
the jitter sensitivity depends on the OBG.
3.

Circuit Techniques

In this section, several circuit techniques essentially need to
realize a high performance CTDSM are presented.
Fig. 10 Practical SNR improvement of DSM (with zeros) against
Nyquist-ADC.

Fig. 11

Block diagram of CTDSM with NTF with Zero.

in Fig. 9, which empirically resulted from non-zero integral
functions [26]. It is apparent from the figure that high order
integrators are not eﬀective until oversampling rate is over
32.
On the other hand, integrator with resonator is suitable
when we have to use lower oversampling rate. The resonator
introduce zero into the transfer function of the quantization
noise, which enhance the SNR.
Figure 11 shows the block diagram of the CTDSM with
NTF (Noise Transfer Function), whose transfer function has
zero. Then Fig. 10 shows the practical improvement of SNR
in this case, respectively.
Optimum positions for each order of integrant are summarized in the Table 1 [27]. As shown in Fig. 10, inserting
zeros improves SNR especially at low oversampling rate.

3.1 Low Distortion Architecture
Figure 12 compares the circuit configurations between conventional and low distortion CTDSM [30], [31]. In the conventional one as shown in Fig. 12(a), both input signal and
quantization noise go through the same integration path. On
the other hand, in the low distortion architecture, the input
signal fed to both the integral path and input of the quantizer
so that only quantization noise goes through diﬀerent paths.
Thus, the nonlinearity of the integration path doesn’t
aﬀect the input signal. Additionally, using multi-bit quantizer can reduce the dynamic range of the integration path,
because the magnitude of the quantization noise of multi-bit
quantizer becomes 1/2n−1 of one bit case. The drawback
of the architecture is that the input signal is not filtered by
the integrator due to the bypass. It means that an additional
anti-alias filter is needed for this architecture.
3.2 Compensation of the Excess Loop Delay
This section details how to compensate the excess loop delay caused by the quantizer and path to the DAC in the
CTDSM. Figure 13 shows the block diagram of the CTDSM
with transfer functions of each block.
Here, we define the signal transfer function (STF)
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Fig. 12

Low distortion CTDSM.

Fig. 15

Fig. 13

Block diagram of the CTDSM with multiple feedback.
Fig. 16

Fig. 14

Extraction of z−1 from feedback path.

Block diagram of the CTDSM with multiple feed-forward.

Final diagram for compensation of excess loop delay.

Finally, the block diagram of the CTDSM is modified
as shown in Fig. 16.
For example, we assume the NTF as following transfer
function.
NTF(z) =

and quantization noise transfer function (NTF) as following
equations.
S T F = S n (z)/Nd (z)
NT F = Nn (z)/Nd (z)

(2)

Figure 13 is multiple feedback type configuration in
which we can design any S n (z) and NTF. On the other
hand, a multiple feed-forward type configuration as shown
in Fig. 14 determines the STF automatically once the NTF
is defined.
The STF of Fig. 14 is expressed as following equation.


Nn (z)
STF = S n (z) 1 −
(3)
Nd (z)
In order to compensate the excess loop delay, transfer function in the feedback path (Nd (Z) − Nn (Z)) has to
be slightly changed so that we can extract the term of z−1
from Nd (Z) − Nn (Z). That is, the feedback transfer function should be modified by the coeﬃcient of α, as following
process [32].
αNd (z−1 ) − Nn (z−1 ) = z−1 Ndn (z−1 )

(4)

The coeﬃcient α is determined so that the Eq. (4) has no
zero order term. The block diagram corresponding with
Eq. (4) is shown in Fig. 15.
Figure 15 is furthermore transformed as following
equation.

Ndn
(z)
Ndn (z−1 )
=
β
+
−1
Nn (z)
Nn (z )

(5)

z5 − 4.951z4 + 9.855z3 − 9.855z2 + 4.951z− 1
z5 − 3.606z4 + 5.347z3 − 4.049z2 + 1.56z− 0.244

(6)

Then, we have to express NTF(z) with z−1 , which is
represented as follows.
NTF(z−1 ) =

z−5−4.951z−4+9.855z−3−9.855z−2+4.951z−1 −1
(7)
0.244z−5−1.56z−4+4.049z−3−5.347z−2+3.606z−1−1

Here, Nd (z−1 ) and Nn (z−1 ) are automatically determined.
Nd (z−1 ) = 0.244z−5 − 1.56z−4 + 4.049z−3 − 5.347z−2 + 3.606z−1−1
Nn (z−1 ) = z−5 − 4.951z−4 + 9.855z−3 − 9.855z−2 + 4.951z−1 − 1

(8)
(9)

Therefore, Eq. (4) is calculated as following equation.
αNd (z−1 ) − Nn (z−1 )
= z−1 Ndn (z−1 )


= z−1 −0.756z−4 +3.391z−3 −5.806z−2 +4.508z−1 −1.345

(10)

Finally, Ndn (z−1 )/Nn (z−1 ) can convert the final form as
following.

Ndn
(z)
Ndn (z−1 )
=
β
+
−1
Nn (z)
Nn (z )
−0.756z−4 + 3.391z−3 − 5.806z−2 + 4.508z−1 − 1.345
= −5
z − 4.951z−4 + 9.855z−3 − 9.855z−2 + 4.951z−1 − 1
5
4
3
2
1.345z − 4.508z + 5.806z − 3.391z + 0.756z
= 5
z − 4.951z4 + 9.855z3 − 9.855z2 + 4.951z − 1
4
3
2
2.152z − 7.449z + 9.864z − 5.903z + 1.345
= 1.345 − 5
4
3
z − 4.951z + 9.855z − 9.855z2 + 4.951z − 1
(11)
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Fig. 17

Second order integrator with single opamp.

Fig. 18

Resonator with single Opamp.

Therefore, β=1.345 in this example.
3.3 High Order Integration with Single Opamp
Although, the excess loop delay caused in the quantizer and
DAC is compensated by the direct feedback path as shown in
Sect. 3.2, the eﬀect of excess phase shift caused in the integrator still remains. High order integration with one opamp
is eﬀective way to suppress the phase shift.
So far, several circuits involved this topic have been
reported [95], [96]. However, flexibility of NTF is limited
as compared with the technique mentioned below.
Figure 17 shows the circuit schematic of a 2nd order integrator with single opamp. The transfer function of Fig. 17
is following.
sR3 (C3 + C2 ) + 1
Vo
=− 2
Vin
s C3C2 R3 (sC1 R2 R1 + R2 + R1 )

R1 R2
= (C2 + C3 )R3
R1 + R2
Vo
1
=
CC 
2 3
2
Vin
s C1 C2 +C3 R1 R2
C1

Fig. 20

5th-order CTDSM using single opamp resonators.

Assuming that these conditions are satisfied, the transfer function of Fig. 18 is calculated as follows.

then
(13)

The circuit shown in Fig. 17 also realizes 1st order integral function. The transfer function from current input from
I1 to Vo is calculated as follows.
Vo
1
=−
I1
sC3

Conventional architecture of 5th-order CTDSM.

(12)

If the following conditions are satisfied, the transfer
function becomes 2nd order integral as expressed follows.
If

Fig. 19

(14)

The current input from I2 enables 2nd order integral
function as follows.
Vo
R1 (sR3 (C3 + C2 ) + 1)
=− 2
(15)
I2
s C3C2 R3 (sC1 R2 R1 + R2 + R1 )
The integrator shown in Fig. 17 can be modified to resonator by adding a feedback resistor between the output of
the opamp and terminal of V1 as shown in Fig. 18.
The resonance condition of the resonator is following.
⎧
⎪
⎪
⎪
⎪C1 = C2 + C3
⎨
(16)
⎪
R3 = 1 11 1
⎪
⎪
⎪
+
+
⎩
R1 R2 R f

Vo
1
=−
Vin
C2C3 R1 R2 s2 + C C 1R R
2 3 2 f

(17)

Figure 19 shows the conventional architecture of 5thorder CTDSM that needs five opamps equal to order of integration.
In contrast, only three opamps are needed for new architecture using the single opamp resonator as shown in
Fig. 20. The new architecture gives us some benefits; reduction of power consumption due to use of less number of
opamp, reduction of GB products due to less excess phase
shift through integration path, more stable operation of the
resonator itself due to use of only one opamp.
Moreover, the function of the single Opamp resonator
is expanded by making multi-path inputs as shown in Fig. 21
[33].
By adding input paths through Cin1 and Cin2 , the resonator can realize the any 2nd order transfer function with a
resonating pole. The transfer function of Fig. 21 is following.
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Fig. 21

Schematic of single opamp resonator with multi-path inputs.

Fig. 23

Fig. 22

5th-order CTDSM using multi-path single opamp resonator.

Complex resonator based on 2nd-order integrator.

cause all cross coupled resistors same frequency shift.
⎧
C2 × R
⎪
⎪
Rf2 = C
⎪
f1
⎪
⎪
1
⎪
⎨
(20)
⎪
⎪
⎪
⎪
⎪
⎪
⎩R f 3 = C 2 × R f 1
C
in

Cin2 s2 + Cin1 s +
1
Vo
C
C2C3 R2
C2C3 R1 R2
=− 3
Vin
s2 + C C 1R R
2 3 2 f

(18)

Equation (18) has high flexibility, because the each
term in the numerator can be changed independently. Thus,
Cin2 changes the 2nd order term, Cin1 changes the 1st order
term and R1 changes the zero order term, respectively. R f
also determines the position of the pole independently.
Figure 22 shows another 5th-order CTDSM using
multi-path Single opamp Resonator. In this case, only two
feedback DACs are needed and the low distortion architecture as shown in Fig. 12(b) is applicable. Several derivative
single opamp resonators are invented in order to enhance the
FOM.
Finally, the concept of the single opamp resonator is
extended to complex frequency region [34]–[38]. Figure 23
shows another circuit configuration of the complex resonator based on the 2nd order integrator. The transfer function of the Fig. 23 is expressed as following equation.
VoI + jVoQ
VI + jVQ





s− j C4 R1 f 3 s− j C2 R1 f 2 · CC43 + s− j C2 R1 f 2 · C31R4 + C2 C31R1 R2



(19)
=−
s− j C3 R1 f 1 s− j C2 R1 f 2
In this case, it is essential for cross coupled resistors
(R f 1 , R f 2 , R f 3 ) to satisfy following conditions, in order to

3.4 DAC Architecture and Dynamic Element Matching
The feedback DAC is a quite important block whose accuracy decides the amount of distortion including in digital
output codes.
In this case, the DAC is composed of plural DA Cells.
As each DA Cell output two values: plus or minus unit value
of voltage or current, the DA Cell has perfect linearity. Thus
the linearity of the DAC is mainly decided by mismatches
between the output current of each DA cell.
Figure 24 shows the simulation result with a 3rd-order
32 OSR delta-sigma modulator whose DAs have some mismatches [39]. The 0.1% mismatch of DAs degrades more
than 20 dB of SNDR.
Actual current mismatch of the DA is over 0.1%. Thus
the some rotation method of the DA that alleviate of the mismatch eﬀect is essentially needed.
The most popular way to rotate the DA is so called Data
Weighted Averaging (DWA) [23], [24]. The block diagram
of DWA for DA of DAC depicts in Fig. 26 and operation
diagram is shown in Fig. 25, respectively.
As shown in Fig. 25, DWA increments the address
pointer by the number of DA used at the time. The cells
used in the next time have to be selected from the new address point. Thus, cells are rotated so that the mismatches
of each cell are averaged within a period of data output.
The problem to use DWA is to increase the excess loop
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Fig. 24 Eﬀect of 1st-order dynamic element matching (Data Weighted
Averaging).

Fig. 27

Fig. 25

Charge injection from DAC parasitic capacitances to integrator.

Block diagram of data weighted averaging for DA cells.

Fig. 28 2nd-order distortion mechanism of integrator oﬀset combined
with DAC parasitic capacitances.
Fig. 26

Block diagram of data weighted averaging for DA cells.

delay. Using the switch matrix as shown in Fig. 25 minimizes the increase of the loop delay, because pass transistor
logic is the fastest for synthesizing a few stages logics [40].
Moreover, the reduction of the accumulator is enabled
by changing reference voltages of the quantizer [41]. This
method makes the excess loop delay minimum.
Figure 24 also shows the eﬀect of DWA. Even if the
DAs have 1.0% mismatch, over 90 dB of SNDR is achieved
by the averaging eﬀect of DWA.
Thus, the output mismatch of DA Cells is no longer the
major source of the harmonic distortion. However, DWA
introduce another source of the distortion, if we use the cur-

rent steering DA cell as shown in Fig. 27. The new dominant
source of the distortion is the interaction of parasitic capacitances on the DA cells with oﬀset of the 1st integrator as
shown in Fig. 27 [42].
Error charge is injected to the integrator at each switching of current cell. Figure 28 depicts the distortion mechanism. The numbers in the rectangles, “1” or “−1,” mean the
sign of the current cell. In this case we use 1st-order data
weighted averaging (DWA) as a DEM algorithm [23], [24].
The charge exchange of parasitic capacitances has a dependency on data patterns. In Fig. 28, numbers at left side of
rectangles show DAC output codes and those at right side
show the amount of charge variation at each clock cycle.
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Fig. 30

Fig. 29 Simulation results for 2nd-order harmonic distortion source
analysis.

The variation of charge has two cycles within one cycle of
DAC output. Thus the 2nd-order harmonic distortion is generated by interaction between the integrator oﬀset and the
parasitic capacitances.
The deduction is confirmed by a SPICE simulation result shown in Fig. 29. This result is obtained by a simulation with 10 mV oﬀset and 5 fF parasitic capacitances. Large
2nd-order harmonic distortion appears.
We consider an equation of the harmonic distortion. At
first, the charge of parasitic capacitances is calculated as follows:
Δq = (C p + Cn ) × Voﬀ

(21)

Here, C p and Cn are the parasitic capacitances of P-side and
N-side current sources and Voﬀ is the oﬀset voltage, respectively. Then, the current injected to the integrator is calculated as follows:
ΔI = Δq × ADE M × FS .

(22)

Here, ADEM is the eﬀective value of the amplitude of
the number of charge exchanges and FS is the sampling
clock frequency, respectively. By multiplying R11 , the input resistor, the input referred voltage is obtained. Finally,
2nd-order harmonic distortion is calculated by the following equation. Here, Vin is the eﬀective value of the input
voltage.


ΔI × R11
HD2 = 20 log
[dBc]
(23)
Vin
The only element we can manage is the oﬀset voltage
of the 1st integrator. Therefore, what we have to do for reducing the distortion is to make input transistors large so that
the estimated oﬀset voltage is within an acceptable level.
Figure 29 also shows the result with zero oﬀset voltage at

Process of jitter power estimation.

input of the integrator, which backs up the theory. In addition using the one-sided current source which composed of
either PMOS or NMOS current source is better way to reduce the 2nd-harmonic distortion because the way Δq is half
of that using the both PMOS and NOMS current sources.
Alternatives to alleviate the harmonic distortion caused
by the DAC are to use a more complex pointer. DWA with
dual pointers architecture is a unique method among them,
because the additional overhead is minimized [90], [91].
Generating tone is also an intrinsic problem of DWA,
because DWA behaves the 1st-order delta-sigma modulator.
Some methods are proposed for preventing the tone
generation [92]–[94], such as partial, un-symmetrical or randomizing DWA and so on.
The last concern to degrade the eﬀect of the DWA is
the timing mismatch between each DA cell, which causes
the spike current at the update of the DAC output. However,
our design experience reveals that we can neglect the eﬀect
of the timing mismatch if we design the modulator whose
SNDR is below 75 dB.
Another critical characteristics of the DAC is uncertainties in the edge of DAC pulse caused by clock jitter [51]
as mention in Sect. 2.1. Assuming that DAC pulse is NRZ,
the jitter noise power including DAC output is estimated as
following process as shown in Fig. 30.
At first, we have to derive jitter pulse power whose variation and quantization step are σand Δ, respectively.
The jitter power in one bit change of DAC(Nj ) is calculated as following equation [52].
 2  2
Δ
σ
(24)
Nj =
2
Ts
As the jitter power(N j ) is output proportional to the absolute bit change of the DAC, we have to estimate the pulse
code density of DAC Code. In general, it is diﬃcult to derive the code density by theoretical equations. True value of
the density should be derived from circuit simulations.
Figure 31 shows pulse code density dependency
against input frequency, input signal amplitude and OutBand-Gain (OBG) of NTF. In this case, 3rd-order modulator
with 8 MHz-BW and 4-bit NRZ DAC was used for the simulation. It is obvious that the pulse code density becomes
larger when input frequency becomes higher.
The dependency to input amplitude doesn’t appear
when the input frequency is lower. However the density
depends on the input amplitude when the input frequency
is close to the signal bandwidth. Moreover, the density is
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Fig. 32

Fig. 33
Fig. 31

Nj =

2

Passive summing network for Gm-C configuration.

Pulse code densities from simulations.

strongly depends on the OBG. It is almost proportional to
the OBG. Thus we have to make OBG as small as possible
in order to realize a less sensitive modulator against clock
jitter [29].
Δ
2

Comparison of the signal adder.

σ
Ts
OS R

2

× PCD

DAC is noisier than a resistor DAC. Thus, the current DAC
is preferable for a modulator with SNDR below 75 dB and
bandwidth up to 10 MHz. The resistor DAC should be used
for a modulator with both very wide signal bandwidth and
high SNDR. The drawback to use resister DAC would be
generation of larger harmonic distortion due to parasitic capacitance at switching.

(25)

If the spectrum of the pulse code density is almost flat
(this assumption works out when the clock source has wider
loop bandwidth than bandwidth of the modulator), the jitter
noise power in DAC represents as above equation.
Here, OSR is oversampling ratio and PCD is pulse code
density, respectively.
If the clock source doesn’t have enough bandwidth to
make pulse code density flat, the pulse code has larger low
frequency component generated by the feedback eﬀect of
the modulator. Thus the power spectrum input signal would
have a wider skirt due to the low frequency component of
the pulse code. Related analysis can be seen in Ref. [53],
whose result is almost same as our estimation.
Switched Capacitor DAC(SC-DAC) is a dominant
countermeasure against the clock jitter [97], [98], because
the total charge within one feed back period is determined
by the same way of a switched capacitor circuit. However,
it demands the much higher GBW of amplifiers for the integration as compared with the case using the current DAC.
Thus the method is mainly applied to CTDSMs with relatively low sampling frequency.
Using 1-bit Finite Impulse Response DAC is interesting way to achieve both high linearity and jitter insensitivity
[99]. Very recent report shows its potential, whose FOM
reaches 110 fJ/conv. with SNDR of 78 dB and 1.92 MHz of
BW [100].
In this secsion we discuss mainly about a current steering DAC because we have several design experiences of the
modulator with such a type of DAC. However, this type of

3.5 Signal Adder
In the low distortion architecture as shown in Fig. 12(b),
adding signals at the input of quantizer is essentially needed.
So far, a signal adder using a opamp (shown in Fig. 32(a))
is commonly used. However the use of an opamp is to increase the power dissipation and occupies extra chip area.
Thus the passive adder using resistor (shown in Fig. 32(b))
is more preferable regarding less power and chip area [33].
There are two drawbacks on using the resistor adder.
One is the decrease of the signal dynamic range to about
half. The other is that the adder is sensitive to kick back
noise of the quantizer. The first drawback is not so severe
because the input of the quantizer is not critical point of
the SNR. The second drawback is easily avoided by using
preamp in front of the quantizer.
Figure 33 shows the passive summing network for GmC configuration of the integration path [102]. In this case,
the drawback is needs of considerably large RL or C F1−4 in
order to pass low frequency component through summing
network for stable operation.
3.6 Quantizer
Generally, it has been said that performances of delta-sigma
modulators are not sensitive to the non-idealities of the
quantizer.
However, unevenness of the quantization levels causes
harmonic distortions when there is a strong correlation between an input signal and output codes. Therefore, multi-bit
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quantization results.
Generally speaking, this method decrease the number
of quantizer to about 1/3∼1/4 of the normal case. The drawbacks of the method are needs for additional logic to predict
the next input range and switch matrix between the reference
generator and the quantizer. Thus this method is preferable
for medium or low speed modulators.
4.
Fig. 34 MATLAB Simulation results of SNDR degradation with
diﬀerent quantizer.

Fig. 35

Calibration scheme of the quantizer.

flash ADC more likely causes harmonic distortions. Moreover, the harmonic distortions are not shaped cleanly, in case
that a lower order NTF is used, Thus the unevenness tends to
cause larger harmonic distortions when we use lower order
modulator.
Figure 34 shows a MATLAB simulation of the eﬀect of
the quantization level unevenness. Unevenness is obtained
as a worst case of 100 trials. SNDR degradation of 3rd-order
filter & 3-bit quantizer is larger than that of 5th-order filter
& 3-bit quantizer and 3rd-order filter & 2-bit quantizer.
In order to make the gain bandwidth as high as possible, it is essential to realize a quantizer operating higher
sampling rate with small area and power consumption.
Thus, to use the smallest gate size transistor in the quantizer
is inevitable.
This approach means that the unevenness of quantization level reaches up to 40%. Acceptable level of quantization level unevenness in this development of using 3rd-order
filter & 3-bit quantizer is about 8%. Introduction of some
calibration scheme is essentially needed.
Figure 35 shows the block diagram of the calibration
circuit for comparator mismatch. In calibration mode, the
inputs of the buﬀer are shorted and the oﬀset current of the
buﬀer is controlled so that the probability of “High” at the
comparator output is close to 50%. The digital filter in the
feedback path eﬀectively removes the eﬀect of noise generated by comparator.
It is significant to use preamp buﬀer, because it decrease not only the oﬀset voltage of the comparator but also
kick back noise eﬀect of the comparator. Other dominant
way to reduce distortion and power of quantizer is to use the
so-called tracking quantizer [29], [43], [44], which predicts
next input signal range of the quantizer according to recent

Tuning Method

In contrast to switched capacitor delta-sigma modulator
(DTDSM) whose NTF and STF are determined by the capacitance ratio, that of CTDSM is sensitive to absolute value
of integrator components, such as resistors, capacitors and
PVT variation of transistors. Thus, tuning system to control
the NTF of CTDSM is inevitably needed.
It has been known well that the tuning method using
PLL and AGC loop controls the frequency characteristics of
the Gm-C filter very accurately [45]–[47].
However, the drawback of this method is to operate the
system continuously, because the characteristic of the GmC filter is sensitive to temperature. This drawback is not allowable for the use in mobile systems. While, OTA-C filter
using opamps for integration is not so sensitive so that it allows one time tuning of the filter performance. The required
performance of the system is to determine the RC-time constant accurately.
The relaxation oscillator using voltage-averaging feedback is quite suitable for the system. The schematic of the
oscillator is depicted in Fig. 36 [48].
The relaxation oscillator only depends on the RC time
constant because of the voltage averaging feedback (VAF)
concept.
In Fig. 36, the oscillation waveform under R1  R is

1 
(26)
Vosc1,2 (t) = Vdd 1 − e− RC t .
VAF loop equalizes the averaged waveform with the reference generated by the resistive divider of Vdd as
1
T osc

T

Vosc1,2 (t)dt = Vre f .

(27)

0

Finally, we obtain the following simplified equation.
(1 − α)

Vre f
T osc
T osc
.
= 1 − e−( RC ) , where α =
RC
Vdd

(28)

Equation (28) indicates that the oscillation period (Tosc ) only
depends on the RC constant if α is constant.
In this case, it is easy to make the variation of the oscillation frequency within ±1%. The oscillation frequency
is measured using a counter driven by a reference clock and
the RC time constants of the modulator are set according to
the measurement result [42].
An alternative of the method is to calibrate zero position by injecting tone whose frequency is equal to ideal zero
position [60]. Figure 38 shows the block diagram of the tuning system with zero tone injection. The zero tone is injected
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Fig. 36
tuning.

Circuit schematics of the relaxation oscillator for RC-constant

Fig. 38

Fig. 37

Conventional design flow chart of CTDSM.

Block diagram of tuning system with zero tone injection.

to the feedback loop and zero components at the quantizer
output is extracted by correlating with the tone. The RC
constant of the loop filter is set so that the zero components
including the digital output are minimized.
5.

Design Methodology

In this section, we compare two design methodologies. One
is conventional one, which use a transfer function in classical filter theory as NTF. The other is new and much more
flexible way, which uses a simulated annealing method to
fix the transfer function of NTF. At the same time, the new
method determines whether the system is stable or not by
using s-z transform with step response matching.
Figure 37 depicts the conventional design flow chart
of CTDSM. At first, the filter prototype of NTF is chosen among the filter of classical theory [49], [50]. Inverse
Chebyshev filters are frequently used for NTF prototype because those filter maximize the decrease of the quantization noise by introducing the zero in the signal band. Next,
STF(z) and NTF(z) are derived from the prototype filter
transformed in z-domain. We have to compensate the excess loop delay by changing NTF(z) slightly as detailed in
Sect. 3.2.
Next, the transfer function of the NTF is mapped to
the block diagram as shown in Fig. 39(a). Then the final
transform is done so that discrete integrators are changed to
those of the continuous type as shown in Fig. 39(b).

Fig. 39

Block diagram of integration path.
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Fig. 41

Fig. 40 Advanced design flow chart of CTDSM with simulated
annealing and step response matching.

The top issue of conventional design flow is that it does
not ensure the loop stability of the modulator even if the excess loop delay compensation is done [15]–[17], because the
discrete model using in this design method does not preserve
the continuous time response from DAC output to the input
of quantizer. A design cycle re-run frequently occurs, which
bothers circuit designers. Another issue of the design is that
the less flexibility of the NTF. The filter type of the NTF is
limited within classical filter theory, which also limits the
FOM of the modulator.
So far, optimization flows based on the convex optimization have been reported [101]. However the abilities
are not enough for exploring circuit parameters beyond the
classical filter theory with keeping the loop stability.
In fact, more advanced filter design method is essential
in order to pursue further improvement of FOM.
Figure 40 illustrates more advanced design flow of
CTDSM. The most distinctive advantage of the new design
flow is that it can determine the loop stability of the modulator very accurately. Therefore, we can explore a much wider
design space for the integration path. This fact give us the
chance to apply quite new transfer functions for the integration path, which are not limited by classical filter theory
such as Chebyshev filters. In this case we use a simulated
annealing method for the exploration.
At first, we have to prepare the model of integration
path that consider the parasitic eﬀects and non-ideality, such
as parasitic capacitance, resistance and excess phase shift of
the integrator.
Next, several initial set of the parameters are given to

Zero order hold S-Z transformation.

the model to start optimization of the modulator. In order to
realize the accurate determination of the stability in z-plane,
we have to match the time response of the discrete model of
the integration path to that of continuous filter.
It means that the s-z transformation has to preserve the
step response of the integration path in case of using the
NRZ-DAC. If we use the RZ-DAC s-z transformation has to
preserve the pulse response of the integration path.
In this case, we use the NRZ-DAC. Thus, we transform
the model of integration path to that of discrete model by
zero order hold s-z transformation, which preserves the step
response of continuous model as shown in Fig. 41.
In case of using the NRZ-DAC, the z-domain model inherits the stability of the continuous model, as long as those
step responses are matched to that of the continuous circuit
exactly. (The mathematical analysis of this method is seen
in Ref. [22]).
The closed loop responses are derived from discrete
model of the integration path, whose stability exactly reflects that of the original modulator. Thus the original continuous modulator should be stable if all poles of the discrete
model are within the unit circle.
Actually, similar design approach is seen in Ref. [54].
However the approach shows only simulation results. The
eﬀectiveness was not verified by the test chip. It is distinctive for our approach to verify the optimization result by the
test chip discussed below.
Among modulates under test, the stable parameter set
showing the best performance are selected so that the best
parameter should be next seed of parameters that was generated by the simulated annealing method.
Until the best performances are saturated, this design
cycle runs over. Figure 42 shows the design example for the
new design method, whose integral path(H(s)) has a incomplete 3rd order integral function as follows.
H(s) =
s2 (C1C2 +C2C3 +C3C1 )R2 R3 + s((C1 +C2 )R2 +(C2 +C3 )R3 ) + 1
−
s3C1C2C3 R1 R2 R3

(29)

In this case, if the selection of the parameter set in the
Eq. (29), the order of the integration is close to 1. Thus the
SNDR of the modulator degrades. In order to maximize the
SNDR, we have to explore the design space of the integral
function as wide as possible with keeping the stable operation of the modulator. Figure 43 shows the comparison
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Table 2 Measured performances summary of optimized 3rd
order-CTDSM.

along with keeping loop stability. Note that Fig. 43(b) is
not simulation result but measured one. The measured chip
performances are summarized in Table 2. It is remarkable
that the measured FOM was less than 100 fJ/conv., even if
we use the very simple and incomplete 3rd order integral
filter.
Fig. 42

Circuit example for new design flow.

6.

State-of-the-Art Survey

6.1 Performance Comparison
The origin of CTDSMs is very old. It is interesting that its
history is longer than that of discrete type modulator [5].
So, there have been a huge number of modulators published for various specific applications, for multimode operation, realizing higher signal bandwidth, minimizing FOM,
pursuing small area, achieving higher SNDR, and so on.
Thus, in this section, various type CTDSMs are categorized based on their characteristics.
At first, the most distinctive characteristic of CTDSM
is that it has wider signal bandwidth than that of DTDSM.
So, Table 3 summarizes recent CTDSMs whose signal bandwidths are higher than 1 MHz. Here modulators are classified as follows: Normal CT means a modulator with single feedback loops, Time-Base CT means one which converts the input signal to phase signal by using a voltage
controlled oscillator, Cascaded CT means cascaded Normal
CTs and DTCT Hybrid means one a part of which is composed of switched capacitor circuit. FOM1 and FOM2 are
determined by following equations.
PowerDissipation
(30)
× DOR

Bandwidth
FOM2 = S NDR + 10 log10
(31)
PowerDissipation
DOR: Digital Output Rate of the Modulator
FOM1 =

Fig. 43

Optimization result of 3rd order-CTDSM.

results between before and after optimization. The noise
transfer function after optimization as shown in Fig. 43(b)
shows 3rd order integral as compared with that before optimization shown in Fig. 43(a) whose noise transfer function
shows only 1st order integral.
The new design method can improve SNDR of 15.1 dB

2(S NDR−1.76)/6.02

Figure 44 also summarizes those performances. The
slash line in the figure indicates same level of the performance provided that an increase of SNDR twice needs 4
times power dissipation.
Currently, Normal-CTs almost rank high. Fundamental
strategies for realizing high eﬃciency are to use multi-bit
DAC to alleviate the influence of clock jitter, to use DWA to
move the non-linearity of the DAC to high frequency region.
In addition, over 3 order loop filters are used for lowering oversampling ratio to minimize the power consumption.
The single opamp resonator is quite suitable not only for
lowering the power but also lowering the circuit area [33],

IEICE TRANS. ELECTRON., VOL.E95–C, NO.6 JUNE 2012

992
Table 3

Performances of recent MHz-BW CTDSMs.

Fig. 45

Fig. 44

Performances of recent CTDSMs with FOM2.

Performances of recent CTDSMs with FOM1.

[42].
On the other hand, Time-Base-CTs are getting increase
their performances, because those CTDSMs are less insensitive to the clock jitter. This feature makes Time-Base-CTs
suitable to realize the modulator with higher bandwidth,
which is confirmed by Fig. 45.
There are two types of Time-Base-CTs. One has a
feedback loop (as shown in Figs. 46(a)–(c)) and the other
doesn’t have it (as shown in Fig. 46(d)).
The former types feed back the timing information so
that jitter phase noise is suppressed by the feed back eﬀect.
Thus those types are less sensitive to the jitter.
The first Time-Base-CTs using VCO quantizer is
shown in Fig. 46(a), which is based on the idea that the order of the modulator increases by one as the VCO acts an
integrator.
The drawback to use the VCO is its non-linearity. An
alternative to use the VCO quantizer is to use PWM-based
quantizer as shown in Fig. 46(b). Actually, the quantizer improves the linearity. However the quantizer introduces the
limitation of the dynamic range [87].

Fig. 46

Architectures of time base CTDSMs.
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Table 4

Performances of recent bandpass CTDSMs.

The third generation of the closed loop Time-Base CT
is using a self-oscillation loop so called time-encoding quantizer (TEQ) as shown in Fig. 46(c). This quantizer acts as
self-oscillating PWM [67].
The latter types diﬀerentiate the phase information to
derive the frequency information, which reduces the phase
noise. It is a big advantage of Time-Base-CTs as compared
with Normal-CTs [61], [88]. Incorporating recent multiphase VCO techniques [89], these CTs easily improve both
resolution and FOM.
Moreover, they quite go well with advanced nm processes because it is easy to realize a higher frequency oscillation and a smaller timing resolution. So those types
of architecture will be applicable to reconfigurable wireless
communication system at an early date.
Especially, open-loop Time-Base-CTs are quite attractive due to its compactness, even if there are some drawbacks: they have strong nonlinearity arise from the characteristics of VCO, sensitivities against supply noise or PVT
variations are usually high to be compensated, phase accuracies of the VCO outputs are not enough to make spurious
small. Those drawbacks should be compensated by some
digital calibration method because huge numbers of transistor gates are easily useful in advanced nm process.
On the other hand, CTDSMs with cascaded structure
(Cascaded CTs) doesn’t show better performance as compared with other type CTDSMs. It is because the cascaded
structure is more sensitive to mismatches of modulators that
the 1st order quantization noise from the first stage leaks
if there is a mismatch of frequency characteristics between
cascaded stages. Other suitable application of CTDSM is
a bandpass modulator, because continuous modulator dissipate less power consumption that of DTDSM. Moreover,
anti-alias filter in front of the modulator is not needed. Performances of several recent bandpass CTDSMs are summarized in Table 4 and Fig. 47.
So far, quadrature type for low-IF receiver shows superior SNDR and FOM as compare with normal type bandpass
CTDSMs, because center frequency of the quadrature modulator is much lower than that of the normal type bandpass
modulator due to its low-IF application. It is certain that a
filter that has lower cut oﬀ frequency easily realizes a higher
Q factor. Thus the quadrature bandpass modulator tends to
be higher SNDR and lower FOM.
One of other interest approach for wireless communication is to combine CTDSMs with a mixer so that the loop

Fig. 47

Performances of recent BP-CTDSMs with FOM1.

Table 5

Performances of reconfigurable CT and DTDSMs.

filter of the CTDSM is used for a image rejection [110],
[111]. Especially, Ref. [111] has an unique circuit configuration not processing IQ-signals but 3-phase signals, which
also decreases circuit area and power consumption.
6.2 Reconfigurable CTDSMs
The most popular application of CTDSMs is wireless communication. Recent wireless system requires multi-mode
operation. So, CTDSMs should have a reconfigurability to
change signal bandwidth and SNR corresponding to plural
wireless communication standards. Here, we call this type
of CTDSMs as “Reconfigurable CTDSMs”.
It should be discussed which is suitable for reconfigurable wireless system, CT or DTDSM.
Table 5 compares the performances of reconfigurable
CT and DTDSMs and Fig. 48 visualizes their FOM1 against
the signal bandwidth.
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Fig. 50
Table 6

Fig. 48
width.

1st order 1 bit CTDSM for current sensing.
Performances of CT & DTDSMs for voice coding.

FOM1 of reconfigurable CT & DTDSMs against signal band

Fig. 49

Comparison of sensing method for driver current.

It is obvious that CTDSMs has better FOM in higher
signal bandwidth, because DTDSMs need much larger
power for settling the output of the amplifier in a shorter
clock period. However, the FOM1 of CTDSMs is larger
than we expected, because almost reconfigurable CTDSMs
uses 1 bit SC-DAC in order to prevent harmonic distortions.
Thus, the key point of the further decrease of FOM1 is to
suppress the harmonic distortion without using the 1 bit SCDAC.
6.3 Expansion of Application Field
It is interesting fact that CTDSM expands its application
field widely. One is a sensor application and the other is
driver controller, such as DC-DC or motor controller [81]–
[85].
So far, series resistor is used for sensing a current flowing through inductor in DC-DCs or motor drivers as shown
in Fig. 49(a). However, the voltage across the series resistor
is usually very small. Thus a high resolution ADC is needed
to sense the inductor current.
Advanced way to sense the current by using CTDSMs
are based on the following equation.
Vind = L

dIind
1
⇔ Iind =
dt
L

Vind dt

(32)

That is, the inductor current is derived by the integral of
voltage across the inductor. CTDSM is quite suitable to perform Eq. (32), because the input voltage is integrated and
quantized in the CTDSM. Thus 1st order CTDSM is used as
shown in Fig. 49(b) [85].
The 1st order 1 bit CTDSM is unique architecture on
the point that the performances of the modulator are insensitive to its opamp performances, such as DC gain or GBW
[86]. It is because that the error of the quantizer will be compensated at next comparison as long as the principle of the
charge conservation is kept in the integrator. Especially, this
feature is suitable for sensing current.
Figure 50 shows the 1st order 1 bit CTDSM for current sensing. Although the very simple one stage integrator
is used, output results is not aﬀected by non-idealities of
the integrator, such as low gain or narrow GBW. Note that
CTDSM with voltage input is not allowed to use such a low
gain integrator because low gain amplifier stirs the virtual
ground, which causes the degradation of the INL.
Other potential application of the CTDSM is low voltage operation due to its switchless architecture. The lowest
supply voltage is down to 0.5 V [103].
Finally, the application area of the CTDSM is expanded
to that of the audio where discrete type modulators are reigning. Table 6 summarizes performances of recent CT &
DTDSMS for voice coding.
It is amazing that the lowest FOM of CTDSM [104]
is almost equal to that of DTDSM [105]. The biggest issue of the CTDSM for improving the FOM is the eﬀect of
the clock jitter, however the problem is now overcoming to
some extent. Thus, it is certain that the application field of
the CTDSM will go over those of DTDSMs.
7.

Conclusions

The continuous-time delta-sigma modulator is the most interesting circuit configuration, because it is a mixed signal
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circuit composed of various kinds of analog components,
such as filter, quantizer, and DAC.
In addition, it needs well-considered design methodologies to optimize both power and signal-to-noise ratio.
Thus, in the over 30 year’s history, numerous circuit
techniques and design methods have been invented to improve its performances. In this paper, operating principles
of the CTDSM were expounded and some essential circuit
techniques were illustrated. Furthermore the newest design
methodology is also detailed.
The surveys of the technology convince us that the application field of CTDSM will be expanded in the future as
the downsizing of the CMOS process goes toward a low
voltage and a high-speed operation. Improvements of the
circuit performances are still continuing.
The author would be pleased if the reader have interest
in CTDSMs and join the development those.
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